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Abstract—In this paper, a class of passive mixer-first, LNA-less
receivers is analyzed in depth. Quadrature passive mixers are
shown to present the impedance of their baseband port to the RF
port and vice versa. This transparency property, in combination
with resistive feedback differential amplifiers, and “complex”
feedback between the I and Q paths, can be used to control the
impedance at the RF port. This impedance can be tuned using
only baseband components (i.e., resistors). The noise limits of such
an architecture are analyzed and simulated, and are shown to be
comparable to standard RF-LNA-first receivers. Accounting for
the higher harmonics of the LO frequency proves critical in accu-
rately analyzing the behavior of these circuits and their ability to
provide an impedance match with low noise figure. Additionally,
it is shown that expanding quadrature passive mixers to harmonic
rejection mixers allows for even better noise performance and
wider matching range.

Index Terms—Impedance matching, noise figure, passive mixer-
first receiver, RF CMOS receiver.

I. INTRODUCTION

D EMAND for highly integrated, multifunction wireless
transceivers has exploded over the last decade, driving

innovations in radio architecture to permit on-the-fly pro-
grammability of various radio parameters. Although many key
parameters have been made fully flexible, the physical interface
to the antenna has not. Recently, a receiver architecture was pre-
sented where the antenna directly interfaces to a passive mixer
and provides highly flexible baseband controlled impedance
matching without significant degradation of performance (espe-
cially noise figure and linearity) [1]. In this paper we present the
theoretical background for such baseband programmable RF
impedance matching and bandpass filtering through a passive
mixer as well as analyze the noise performance of this class of
receiver.

After the matching network, traditional receivers have an
LNA that must be low noise, provide power gain, and exhibit
good linearity, while providing an input impedance that is
matched. This is not entirely straightforward: a simple resistive
matching network always results in a noise figure above 3 dB.
In fact, a reasonable definition for an LNA is an amplifier which

Manuscript received December 01, 2009; revised March 31, 2010; ac-
cepted May 02, 2010. Date of publication July 23, 2010; date of current
version December 15, 2010. This paper was recommended by Associate
Editor E. A. M. Klumperink.

The authors are with Cornell University, Ithaca, NY 14853 USA (e-mail:
cja67@cornell.edu).

Digital Object Identifier 10.1109/TCSI.2010.2052513

provides a real impedance match while maintaining a sub-3 dB
noise figure. For applications requiring low noise figure and
a good impedance match, a resonant antenna impedance
matching network is typically used. Such a network’s passive
RF components are not easily tunable over a wide range of
values [2], [3]. To make matters worse, the impedance of the
antenna and matching network is strongly frequency dependent,
severely limiting channel tuning range for high performance
receivers.

Because performance tradeoffs tend to fall so heavily on the
receiver front end, and involve relatively inflexible components,
many multiband systems that receive a range of frequencies
use multiple, parallel front-ends, tuned to different frequencies,
using distinct matching networks and LNAs [4], [5]. Alterna-
tively, an LNA with wideband impedance matching and good
noise figure can be achieved using either a wideband amplifier
with resistive feedback [6], [7], or with a noise-canceled LNA
[8]. Such designs intrinsically require large amounts of power
to operate at RF frequencies while maintaining a constant an-
tenna impedance, and still generally provide a relatively fixed
input impedance. At the other extreme, applications requiring
low power consumption and cost can simply forgo the matching
network and LNA completely, connecting directly to a passive
mixer [9], [10].

As gate lengths continue to fall, smaller, faster MOSFETs
allow sampling passive mixers to operate in the gigahertz range
with better linearity and lower power consumption than tradi-
tional active mixers [9]–[11]. These circuits have unusual prop-
erties, such as very high linearity [10] and a capacity to pass the
impedance presented at one port (i.e., the baseband port) to the
other port (i.e., the RF port) [12]. This transparency property
has been used to translate baseband filtering onto a mixer’s RF
port, suppressing wideband interference [1], [9], [13], [14]. So
far, these improvements have come at the cost of significantly
higher noise figure (typically 5–6 dB) [1], [9], [10].

In this paper, we analyze the transparency of passive mixers in
detail, especially analyzing a method by which this transparency
can be used to provide a baseband-tunable, complex impedance
match to the antenna. The bidirectional nature of passive mixers
also causes their noise figure to depend strongly on the cir-
cuits at both the RF and IF interfaces [12]. Here we analyze the
fundamental dependencies between RF and IF impedance and
limits on both matching and noise figure (NF). We show that
both NF and matching can be made competitive with traditional
LNA-first receivers, while providing high-Q front end filtering
(which is good for linearity: [1], [10]) and extreme frequency
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Fig. 1. (a) Simplified circuit model of 4-phase passive mixer. (b) LO driving waveforms. (c) Equivalent model to (a), with� lumped with� based on nonover-
lapping nature of the waveforms in the middle.

tuning range. These advantages imply that passive mixer-first
receivers will likely provide the next step in improving the flex-
ibility and performance of highly integrated wireless receivers.

II. PASSIVE MIXER TRANSPARENCY: FIRST-ORDER ANALYSIS

The passive mixer analyzed here contains four switches (tran-
sistors) which are successively turned on in four nonoverlap-
ping, 25% duty-cycle phases over the course of one local os-
cillator (LO) period [1], [10], [15]–[17]. These nonoverlapping
pulses are necessary for preventing the I-Q crosstalk described
in [12]. The input port of the mixer is connected directly to the
antenna port. The switches sample the RF voltage onto four ca-
pacitors loaded by the baseband resistors . The phase-split
nature of the LO, the mixer, and hence the amplifiers produces
differential baseband signals with both I (from the 0 and 180
switches) and Q (from 90 and 270 ) components.

A. Impedance Analysis

The analysis begins with a simplified model of a 4-phase pas-
sive mixer with nonoverlapping, 25% duty cycle, quadrature
LO pulses, as shown in Figs. 1(a) and 1(b). The model treats
the switches as ideal except for a small series resistance, ,
which represents the on-resistance of the switching MOSFET.
Since the LO pulses are completely nonoverlapping, only one

is active at a time, so the series resistance of all of the
switches can be lumped together and treated as a single resistor
of the same value, as shown in Fig. 1(c).

If we treat the antenna impedance as a resistor (neglecting
its reactive components for the moment), then the entire RF por-
tion of the circuit can be modeled as a single lumped series com-
bination of and in series with a parallel array of four
ideal switches. We can define an effective antenna resistance

(1)

We now define a virtual voltage at the node in bewteen
and the ideal switches. The baseband port of the switches

is loaded by the parallel combination of a filtering capacitor
and the amplifier input resistance, . If the time constants

and are significantly larger than the LO period,
, then we can approximate these capacitors as holding their

voltage constant over a given LO cycle. For in-band signals,
the input from the antenna can be approximated as a sinusoid

with fundamental frequency and time varying
phase and amplitude , which capture both modulation
and offset frequency of the received signal. If the amplitude and
phase offset change slowly relative to they can be approx-
imated as constant over a given LO period, and the input can be
approximated as

(2)

To compute the input impedance presented by the mixer to
the antenna, we start by computing the voltage across each of
the output capacitors in response to the input. Specifically, each
capacitor will continuously dissipate current through its resis-
tive load, , such that the th capacitor dis-
sipates a current of . For a full cycle of the
LO, assuming , this corresponds to a charge of

. Meanwhile, for each cycle of the LO,
this charge is replenished from the antenna during the quarter
cycle during which the th switch is closed. Assuming that the
voltage across the th capacitor, is at steady state (that is,
assuming and change slowly relative to the time con-
stants and ), conservation of charge implies that
charge dissipated by is balanced by the integral of the input
current during a given quarter-LO cycle. To simplify this and
future integrals, we also introduce a time shift in the integration
limits of

(3)
Substituting in (2) for and solving for results in the
expression:

(4)

Note that this implies that that the output of the mixer depends
not just on the strength of the RF input, but on the relative
impedance of the antenna compared to the baseband .

Passive mixers allow current to flow in both directions
through the switches, from the RF port to the IF, and back. This
means there will be a return or reradiation current generated by
the difference between the voltage levels maintained on the filter
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Fig. 2. Approximation of waveform � from Fig. 1.

capacitors of the mixer and the input on the antenna. Because
the virtual voltage at in Fig. 1(c) is always short-circuited to
one of the output capacitors, it can be described by a stair-step
waveform (shown in Fig. 2) with four phases corresponding
to the four phases of the LO, and with a voltage at each phase
corresponding to one of the output capacitors.

In order to characterize the effective impedance seen by the
antenna, we find the current flowing out of the antenna into the
receiver. In the time domain this will be

(5)

We will now look for the impedance seen by the antenna for
a near-zero-IF system, where . To find we
extract the component of that resides at this frequency using
a Fourier series representation of the signal over a period of time

, and extract the fundamental term. Substituting (4) into the
waveform (shown in Fig. 2) yields a term for the fundamental
at

(6)

from which we can compute

(7)

The current described in (7) looks like the input
transformed by a combination of and . Several obser-
vations can be made from (7). The first is that as ,

, implying that acts in series with .
The second is that as , ,
implying that there is additional antenna-dependent shunting in
parallel with . This leads us to introduce the time-invariant
model in Fig. 3 for the original time-varying circuit in Fig. 1.
This circuit accounts for the linear time-varying (LTV) effects
of the switches with an impedance transform term acting
on , and an additional resistance , in shunt with the
baseband resistance . emerges from the charge balance
in (3). However, as we will show in Section III-A, in fact
represents power lost due to upconversion by harmonics of the
LO through the switches to the antenna.

Given the model in Fig. 3 we can write a simple expression
for its current

(8)

Fig. 3. LTI equivalent circuit for passive mixer with� due to harmonics and
impedance-transformed � .

Fig. 4. Simulated and analytical equivalent input impedance� versus swept
baseband resistor � .

To find the values for the scaling factor and the virtual shunt
resistance , we set the current in our LTV circuit (7) equal
to the current for our LTI model (8)

(9)

(10)

Note that while is proportional to in (10), this only holds
as long as is constant across all frequencies, once this ceases
to be true, a more complex description is required, as explored
in Section V.

B. Consequence: Impedance Matching

This model for the passive mixer shows that the impedance
seen by the antenna through a quadrature passive mixer consists
of the parallel combination of and in series with the
switch resistance . Specifically, this impedance becomes

(11)

This result indicates that the impedance seen at the antenna in-
terface can be modified by changing . In particular, (11)
shows that changing baseband resistance can be used to tune
the input resistance over a range that is limited by the prop-
erties of the mixer

(12)

We have confirmed this impedance analysis using numer-
ical circuit simulation (PSS and PSP analyses in SpectreRF)
of Fig. 1, with NMOS transistors as the switches. We choose
transistor dimensions such that , and choose

, , , and
. As can be seen in Fig. 4, sweeping from to

and applying (11) analytically predicts numerical, peri-
odic steady-state simulations with high accuracy. The resulting
curve shows that for very high values of , the effective
converges to near , and that for very low values of ,
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Fig. 5. Simulated � for varying � .

converges to . The difference in the two curves for large
values is due to the parasitic shunt capacitance present on

the antenna side of the switch, which changes the effective
(and therefore ) as the RF frequency increases. The effects
of a frequency-dependent will be examined in Sections III
and V.

The limits in (12) imply that an impedance match, where
, can be achieved provided that and
. As we will show, maintaining switch resistance such

that is also desirable from a noise perspective, and
can usually be achieved in a modern process. Equation (11) im-
plies that when antenna impedance is treated as constant
and real, and , an impedance match can always be
achieved by choosing such that

(13)

We have confirmed the impedance matching ability of the cir-
cuit in Fig. 1 with periodic S-parameter analysis for swept .
Here we have chosen and , with
other circuit parameters the same as in Fig. 4. Fig. 5 shows that a
real RF impedance match with can be achieved
through passive mixer directly connected to the antenna port.

There are two additional features to notice about Fig. 5. The
first is that the match is fairly narrowband. We will show in
Section III-B. that the shape of this match as a function of
is in fact determined by the capacitor . The second is that the
center frequency of the match is slightly shifted from the LO.
We will show in Section V that this offset is due to complex
antenna impedance, and demonstrate a method by which the
location of this optimal match can be controlled.

III. EFFECTS OF FREQUENCY-DEPENDENT COMPONENTS

A. Accounting for Harmonic Conversion

In the previous section, we defined the up-converted voltage
only at the fundamental of the LO, or . However, its

stairstep nature seen in Fig. 2 indicates that contains odd har-
monics of the LO as well as its fundamental. These harmonics
in come from the up-sampling and superposition of the four
baseband signals. We now analyze the effect of these harmonics
on matching. We start by describing in terms of its Fourier
series

(14)

with the th harmonic, taking the form shown in (15) at
the bottom of the page. Here we define the baseband voltages

, and . Since is
odd, the trailing and terms always have a
magnitude of but change sign with harmonic number.

The presence of odd harmonics in indicates that current
flowing through the antenna impedance must also contain these
harmonics. Because antennas generally do not present a con-
stant impedance across frequency, we treat impedance as being
different at each harmonic of the LO, and so define a distinct
antenna resistance at each harmonic: . Note that for
simplicity, we are assuming that is a real impedance,
a description for complex antenna impedance will be provided
in Section V. After once again combining the switch resistance
and antenna resistance we define a new

(16)

The current flowing through the switches can now be defined as

(17)

The first term represents the current coming from the antenna
through the series and the second term represents the return
current due to . Translating these currents back to baseband,
we can once again balance charge flow into and out of each
baseband capacitor for each LO cycle

(18)

Substituting in (15) and (17) and solving the integral and noting
that and , we get
(19), shown at the bottom of the next page. For comparison, we
apply Kirchoff’s current law to the node of Fig. 3, yielding
a similar equation [(20), at the bottom of the next page].

(15)
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Equations (19) and (20) are equivalent provided that

(21)

Thus, we see that in the general case, depends upon the
antenna impedance at each of the odd harmonics of the LO
frequency, and represents the dissipation and/or reradiation of
power due to these harmonics. If we remove the frequency de-
pendence of and perform the summation we find that this
impedance is actually equal to the found using the charge
balance method in Section II. This confirms that the virtual resis-
tance which is used in the LTI model (Fig. 3) actually rep-
resents the loss due to harmonic reupconversion and dissipation.

(22)

B. Impedance as a Function of Varying IF

So far, we have made several assumptions in order generate
a simple model for impedance matching. We assumed that

, and so did not take into account the effect of the
sampling capacitor from Fig. 1 on the impedance seen at
the antenna port. In this section we will remove the zero-IF

requirement and show the effect of the baseband capacitor
as the input frequency varies around a constant LO.

We begin by modifying the input tone (2) to incorporate a
baseband frequency , such that (where

can be either positive or negative), and reformulate time as
so as to separate time within a given LO cycle

from slow changing effects across LO cycles introduced by
.

(23)

We then incorporate this new into the charge balance (3)
(see (24) at the bottom of the page). Note that the load present
at the baseband is now , which will vary in frequency as a
function of , and can be written as

(25)

After performing the integral, moving to the left side and
evaluating at the limits, we compute a which is very
similar to (4), with the arbitrary phase shift now becoming

(26)

which, provided that , implies

(27)

Discretized over one quarter period of the LO, the term
equals . Using this fact and extracting the up-converted

(19)

(20)

(24)
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Fig. 6. New LTI equivalent circuit for frequency-dependent � .

, we find an expression becomes essentially identical
to (6)

(28)

This then produces the same derivation of the current as
shown above.

If we now reintroduce the LTI model with a simple transfor-
mation from to (see Fig. 6), we can rewrite the ex-
pression for impedance seen by the antenna (11), including the
frequency-dependent .

(29)

Fig. 7 shows the effective real and imaginary components of
the impedance seen at IF and at RF due to the frequency-depen-
dent components. The presence of the baseband capacitor
has two notable effects on the tunable impedance presented to
the antenna port. First, because the capacitor shunts high-fre-
quency IF signals on the baseband port, it creates a band pass
filter. As a result, the effect of tuning on the impedance
match diminishes for larger baseband frequencies as be-
comes dominated by and ultimately approaches for
larger offset frequencies. The presence of this band pass filter
has been shown to contribute to the attenuation of out-of-band
blockers resulting in measurements of [1],
[18]. Second, the imaginary component of looks negative
for positive and positive for negative . This means that
for a negative IF, the antenna port sees a complex conjugate
of the impedance presented by the baseband. Meanwhile, the
asymmetric imaginary component of accounts for the fre-
quency offset of the ideal match in Fig. 5. This imaginary com-
ponent is interacting with the capacitive parasitics on the RF
port of the mixer, such that an ideal complex conjugate match
occurs at a slight frequency offset from the LO.

IV. NOISE PERFORMANCE

A. Noise Performance of Passive Mixer

The time-invariant model in Fig. 3 also simplifies the calcu-
lation of the noise contributions for the mixer. To see this, we
first need to look at the various sources of noise in the circuit
shown in Fig. 1. There are three fundamental sources of noise:
the baseband resistance , the switch resistance, , and the
thermal noise from the antenna itself, . As before, we can
safely merge the antenna and switch resistance into a single re-
sistor, . To find the total noise, we compute the total noise
current injected into the baseband node, and multiply this with
the total impedance at that node. Thus, if is a real resistor,
this current will be: .

Fig. 7. Effective real and imaginary components of � as a function of RF
frequency.

Similarly the noise from is . However,
to be complete, this noise must also include noise down-con-
verted by the mixer at odd harmonics of the LO, such that

. The schematic on the left
side of Fig. 8 shows this model. However, we note that the sum
of the antenna noise currents for ,
etc., is exactly the noise that would be generated by if it
was a real resistor. Therefore we can use the two noise models
in Fig. 8 interchangeably. The total noise voltage is the sum of
the thermal voltage sources corresponding to each resistor in
the circuit. The noise factor for this circuit is found by dividing
the total output noise by the portion of that noise caused by the
input noise of

(30)

If we assume impedance matching to and a switch resis-
tance of , this results in . Note that this noise
is dominated by contributions from the baseband resistor
and includes no noise from subsequent amplifiers. In the next
section we will demonstrate how this noise contribution can be
minimized in the implementation of an actual receiver using the
passive mixer-first architecture.

B. Receiver Architecture

In order to add gain to the receiver and to improve its noise
figure, all while maintaining the impedance matching function-
ality through the passive mixer, we have proposed the receiver
architecture shown in Fig. 10 [1]. This receiver consists of a pas-
sive quadrature mixer, followed by baseband amplifiers in re-
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Fig. 8. Equivalent noise models for LTI model from Fig. 3.

Fig. 9. Equivalent baseband amplifier noise models.

Fig. 10. Proposed passive-mixer first receiver with resistive feedback
amplifiers.

sistive feedback. We find the new effective present on each
branch by applying the Miller effect to the feedback resistor :

(31)

Substituting the new into the impedance matching LTI
model shows that we can perform impedance matching using
the amplifier feedback resistors.

Once we have added the feedback amplifiers to implement
, the noise performance changes as well. Whereas most of

the noise sources in (30) can be treated as standard resistive
thermal noise, the baseband noise is now due to the feedback
resistor and the input referred noise of the amplifier itself
[Fig. 9(a)]. This noise is traditionally modeled by a pair of
correlated noise sources: a series voltage and shunt current
[Fig. 9(b)]. This is equivalent to two voltage sources, as shown
on the right of Fig. 9(c).

These two sources both depend upon the input referred
voltage noise of the amplifier, and so are correlated. However,
the source present in shunt also depends upon the feedback
resistor and amplifier gain, and can be computed to be

(32)

Substituting the equation for thermal noise and (32) into (30),
and accounting for both in the baseband noise (by multiplying

Fig. 11. Simulated and analytical noise figure versus feedback resistor � .

the squared noise by ) and in the baseband resistance (by mul-
tiplying by ), yields the following noise factor:

(33)

We have verified this relationship (see Fig. 11) with simu-
lation using periodic steady state analysis in SpectreRF, with

, , , and the same
device parameters as in Fig. 4. The simulation results match ana-
lyitical predictions well.

By making baseband gain (and so ) large, and biasing
the amplifier with sufficient current to make small, the
latter terms can be made small. Furthermore, by choosing tran-
sistor dimensions such that the switch resistance and therefore
its noise are small relative to , we find a limit on the noise
factor which depends on

(34)

For constant , where (10) holds, (34) implies that
, or . In cases where antenna impedance

decreases with frequency, this limit is degraded. More gener-
ally, Provided that , , and ,
all of these terms will be much less than one except the final
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term which also depends upon amplifier noise. Under these con-
ditions, the baseband amplifier can be expected to limit noise
figure. Indeed, amplifier noise has been reported as the domi-
nant noise source in existing work [1], [9], [10].

It is worth noting, however, that the effect of baseband am-
plifier noise is also dependent on the value of , and will de-
grade strongly as is made small. The effect of on both
the impedance matching range and NF of passive mixers shows
that neglecting the effects of reupconversion of baseband sig-
nals to higher harmonics will result in an inaccurate model.

V. COMPLEX ANTENNA IMPEDANCE

A. Effects of Complex Antenna Impedance

Thus far, the model we have presented assumes a purely real
antenna impedance. We will now expand this treatment to in-
corporate a complex antenna impedance . Such a complex
impedance can appear either directly on the antenna as it is used
across wide frequency ranges, and also through bond wires,
pads, and parasitic capacitances on the switches themselves.

By performing the analysis is Section II again, except with
the inclusion of , we find a new model
which is very similar to the previous one except with the replace-
ment of with . This means that the harmonic shunting
impedance will also be complex, so we rename it . can
be computed as above in (18)–(21), but including phase shifts
in the current due to the harmonics of . Because the effects of
these phase shifts depend upon which harmonic is being shifted,
this calculation results in a that incorporates for the 5th,
9th, 13th, etc., harmonic of and the complex conjugate of

for the 3rd, 7th, 11th, etc. See (35) at the bottom of the
page. Using these, we can rewrite the expression for similar
to that derived from Fig. 3.

(36)

We confirmed the analysis leading to (29) with numerical simu-
lations, using the same model as in Fig. 4, and sweeping LO fre-
quency, but with 300 fF of parasitic capacitance on the RF port
of the mixer (in parallel with 150 fF parasitic capacitance from
the switch transistors themselves) and setting .
As can be seen in Fig. 12, this demonstrates close agreement
between analysis and simulation. Additionally, we may write
an expression for noise factor similar to (33)

(37)

Fig. 12. Comparison of analytical and simulated receiver a) input impedance,
and b) noise figure versus frequency, accounting for frequency-dependent an-
tenna impedance.

B. Matching to a Complex Antenna Impedance:
Complex Feedback

In this formulation, the antenna impedance and shunt
impedance can both take on complex values, and a complex
conjugate match will only be achieved if the complex com-
ponent of is tunable. With the architecture described so
far, making the capacitor tunable would provide this, but
only as a negative reactance, and would also strongly affect
the bandwidth of the match. Instead, in order to introduce the
complex term in the context of the circuit shown in Fig. 10,
we can modify the original baseband amplifiers by applying
additional feedback resistors from the I to the Q channel and
the Q to the I channel as shown in Fig. 13. A similar feedback
technique is utilized in [19] but was used to modify the phase of
a filter rather than to present a complex impedance to the input.

In order to analyze this circuit, we will begin with a simple
case where we define the signal coming from the antenna as

(38)

(35)
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Fig. 13. Positive and negative complex feedback applied to the baseband
amplifier.

Fig. 14. Simulated � Smith chart for varying �� .

When this signal is down-converted through the I and Q paths
of the mixer, assuming the two paths are perfectly balanced, we
should get

(39)

We then look at the amplitude of the current present at the in-
puts of the amplifiers due to the new cross-connected feedback
resistors we see

(40)

Equation (40) shows that the cross-channel feedback connec-
tions introduce a scaled 90 out of phase component of
back to the input. When these currents are back upconverted to
the antenna port, we find

(41)

Using (41) we may write an expression for the effective complex
baseband impedance, , where the sign of the imaginary term
depends on whether the feedback is connected in positive or
negative complex feedback (see Fig. 13)

(42)

Fig. 15. Simulated � for varying �� showing shift in center frequency
of optimal match.

Fig. 16. Eight-phase passive mixer.

Note that if we repeat this analysis for the case where
, we find that because of the relative phases of sin

and cos, we actually need to flip the polarity of the feedback
resistors from the Q channel to the I channel, in order to get the
same equivalent complex phase shift. This result is seen in the
schematic in Fig. 13.

Using a similar simulation setup to Fig. 5, Fig. 14 shows an
Smith-chart of the sweeps of both the real feedback resistor
and the complex feedback resistor . This figure demon-

strates the distinct complex nature of the impedance presented
to the antenna port using complex feedback. The sweep using

alone shows some complex impedance due to the parasitic
capacitances present on the switches.

Fig. 15 shows an plot of sweeps of frequency for varying
complex feedback resistor . Here we have chosen the value
of from Fig. 5 which provided the best match to .
However as we noted earlier, this match was narrowband and
centered around 497 MHz. Fig. 15 shows that complex feed-
back can change this center frequency to either side of the LO
by interacting with the imaginary component of the antenna
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impedance and of the baseband capacitors. Each curve is for a
different value of , with smaller resistors pushing the center
frequency further from the LO.

VI. LIMITATIONS OF 4-PHASE MIXING AND BENEFITS OF

MORE LO PHASES

A. Implications of

One implication of (11), (29), and (36) is that in order to max-
imize impedance tuning range and minimize noise figure, it is
desirable to maximize . Equation (35) in turn shows that
maximizing requires maximizing the impedance presented
to the RF port of the mixer at higher harmonics of the LO fre-
quency. Note that this is exactly the opposite result from that
typically created by simple resonant matching networks, where
shunting parasitic capacitance reduces impedance at higher fre-
quencies, and a resonant network maximizes impedance at the
fundamental [9].

Another implication is that noise figure is not necessarily
minimized by simply reducing switch resistance. Since para-
sitic capacitance on the mixer input acts to shunt , driving

, and therefore as . Under this
condition, reduction in will also act to reduce . Fur-
thermore, widening the mixer transistors to reduce will
also increase the parasitic capacitance on the mixer input, fur-
ther reducing . Thus, it is expected that intermediate width
mixer devices with small but finite switch resistance will pro-
vide optimal noise, especially under resonant match. This can
be analyzed for the extreme case of a very high-Q antenna with
impedance near , but zero at harmonics of . In this
case, , and so

(43)

(neglecting baseband noise entirely). The NF is minimum when

(44)

No matter how high an impedance is achieved by a high-Q reso-
nant match, NF will always be worse than 3 dB, whereas a wider
band match can actually provide lower NF.

B. Enhancements Due to Multiphase Mixers

It is clear that performance improves as is increased, and
as (35) shows, can be considered to be a parallel combina-
tion of the antenna and switch impedance computed at each of
the odd harmonics of the LO, weighted by the harmonic number.
This harmonic impedance dependence is a consequence of the
harmonic content of the virtual voltage . For the switching

waveforms in Fig. 2, contains all of the odd harmonics
of , weighted by one over the harmonic number, and so
dissipates or reradiates power at all of these frequencies. This
indicates that if an alternate mixer structure was chosen which
provided for a less harmonic rich , reradiation would be re-
duced, and consequently made larger. One such structure
is the 8-phase passive mixer shown in Fig. 16, driven by eight
nonoverlapping LO signals similar in concept to “harmonic sup-
pression mixers” recently discussed in the literature [1], [13],
[18], [20].

Using such a mixer and the definition of from (2), we
can compute that the four differential outputs will take the form

(45)

where the constants and are introduced to account for the
effects of and . The key point here is that the down sam-
pling of this mixer results in outputs with exactly the relative
weights needed for harmonic suppression when back up-con-
verted, without any explicit weighting circuitry. Thus ,
which takes the form shown in Fig. 17, has a Fourier series
which only contains half of all odd harmonics, driving the terms
corresponding to to zero.

This reflects in , which, following a derivation similar to
(35), is as shown in (46) at the bottom of the page.

Once again, half of the odd harmonics are eliminated, dra-
matically increasing . The complex version of the model in
Fig. 3 still applies, using this new and altering the term ,
such that

(47)

Substituting (46) and (47) into (36) and (37) allows us to com-
pute input impedance and noise figure. In the case of constant,
real antenna resistance, analogous to (10), the 8-phase mixer
provides a shunting resistance of

(48)

(46)
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Fig. 17. Approximation of waveform � for 8-phase mixer.

Fig. 18. Comparison of (a) input impedance and (b) noise figure between
4-phase and 8-phase mixers.

This is almost five times larger than the 4-phase case. Fur-
thermore, applying the fundamental limit to NF from (34) to
the 8-phase case, we find that NF for a constant
antenna impedance. These results are confirmed by numerical
simulation in Fig. 18, and show both a much larger input
impedance range and lower noise figure for an 8-phase mixer
than for a 4-phase mixer. Note that the analytical result for the
input impedance in Fig. 18 must take into account the parasitic
shunt capacitance on the antenna port, even at 100 MHz. This
is because higher harmonics of the LO now dominate , and
since the capacitor has more effect at these higher frequencies,
its contribution to is greater. For the case of a high-Q match
as in (43) and (44), NF is best when

(49)

which implies that even for a high Q match, good NF is possible
with eight nonoverlapping LO phases.

VII. CONCLUSION

The analyses and simulations presented here reveal several
important facts about passive mixer-first receivers. The first is

that for quadrature passive mixers using nonoverlapping clocks,
the input impedance at the RF port of the device is strongly
sensitive to the impedance presented to the baseband ports of
the mixer, and increasing the baseband resistance acts to in-
crease the apparent RF resistance, allowing for baseband-con-
trolled impedance matching. Second, this method can be ex-
panded with baseband feedback between in-phase and quadra-
ture paths to implement a complex conjugate impedance match
at the RF port. A third important point is that the degree to which
the baseband impedance can influence the RF impedance de-
pends on reradiation back through the mixer at higher harmonic
frequencies. In particular, this results in a shunting effect which
in turn depends on the impedance presented to the mixer’s RF
port at these higher harmonics: lower impedance at harmonic
frequencies translates to more shunting. Meanwhile, suppres-
sion of these harmonics with appropriate mixer design can re-
duce this shunting effect significantly, improving performance.
What holds for impedance also holds for noise, with noise figure
depending on both the antenna and baseband impedance, and
with increased harmonic shunting degrading this NF. Finally,
we have shown that with appropriate baseband design, the fun-
damental limit on noise figure in a passive mixer-first receiver is
set by this shunting or reradiation effect, and can be lower than
3 dB.
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